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RF calendar

M
Y 14-16

29-31

June

4-6

11-13

13-14

24-27

25-27

July
15-18

22-24

August
13-15

IEEE Instrumentation and Measurement Technology Con-
ference

Omni Hotel, Atlanta, GA
Information: Robert Myers, 3685 Motor Avenue, Ste. 240, Los
Angeles, Ca 90034. Tel: (213)-1463. Fax (213) 287-1851.

45th Annual Symposium on Frequency Control

Los Angeles Airport Marriott, Los Angeles, CA
information: Annual Symposium on Frequency Control, PO
Box 826, Beimar, NJ 07719.

First Virginia Tech Symposium on Wireless Personal
Communications

Virginia Tech, Blacksburg, VA
information: Prof. Theodore S. Rappaport, Director, Mobile &
Portable Radio Research Group, Virginia Polytechnic & State
University, Blacksburg, VA 24061 -0111.

'91 International Communications Association Expo
Anaheim Convention Center, Anaheim, CA

Information: Angela Gallagher, ICA, 12750 Merit Drive, Suite

710, LB-89, Dallas, Texas, 75251. Tel: (214) 716-4124.

MTTS International Microwave Symposium and Expo
Boston, MA
Information: Tel: (617) 769-9750.

ARFTG

Boston, MA
Information: ARFTG, c/o Henry Burger, 1061 E. Frost Drive,
Tempe, AZ 85282. Tel: (602) 839-6933.

Test Engineering Conference

Georgia World Congress Center, Atlanta, GA
Information: Miller Freeman Expositions. Tel: (800) 223-7126
or (617) 232-3976.

EMC Expo 91
Walt Disney World Resort, Orlando, FL
Information: Ellen Lunsford, Registration. Tel: (703) 347-0030.

Communication Networks West '91
Moscone Center, San Francisco, CA
Information: Conference Sales, Tel: (800) 225-4698.

Fifth International Conference on HF Radio: Systems and
Techniques

Edinburgh Conference Centre, Edinburgh UK
Information: Secretariat, Conference Services, |EE, Savoy
Place, London WC2R 0BL., United Kingdom. Tel: 071 240 1871
ext. 222.

IEEE 1991 International Symposium on Electromagnetic
Compatibility

Cherry Hill, NJ
Information: IEEE International Symposium on EMC, PO Box
609, Lincroft, NJ 07738. Tel: (201) 386-2378.
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RF courses

Fundamentals of Radar Cross Section
May 20-24, 1991, San Diego, CA
Information: Kelly Brown, SCEEE, Tel: (407) 892-6146.

Microwave/Millimeter Wave Monolithic Integrated Circuits
June 4-7, 1991, Los Angeles, CA
Radiation Hardening of Electronic Systems
June 10-14, 1991, Los Angeles, CA
Information: UCLA Short Course Program Office. Tel: (213)
825-3344. Fax: (213) 206-2815.

Frequency Hopping Signals and Systems

May 20-22, 1991, Washington, DC
Principles of High Frequency Radic Communications:
Applications for Operators and Managers

May 20-23, 1991, Washington, DC
New HF Communications Technology: Advanced Tech-
niques

June 3-7, 1991, Washington, DC
Spread Spectrum Communications Systems

June 10-14, 1991, Washington, DC
Introduction to Modern Radar Technology

June 26-28, 1991, Washington, DC
lonospheric Radio Propagation for System Planners

July 8-11, 1991, Washington, DC
Radio Frequency Spectrum Management

July 8-12, 1991, Washington, DC
Synchronization in Spread-Spectrum Systems

July 15-19, 1991, Washington, DC
Information: The George Washington University, Continuing
Engineering Education, Merril A. Ferber. Tel: (202) 994-8522
or (800) 424-9773.

Fiber Optic Communications

June 10-12, 1991, Sunnyvale, CA
Information: Center for Professional Development, Arizona
State University. Tel: (602) 965-1740.

Digital Signal Processing Workshop
June 12-14, 1991, Norwood, MA
July 16-18, 1991, Campbell, CA

Mixed Signal Design Seminar
May 15, 1991, Pleasanton, CA
May 16, 1991, Bellevue, WA
May 17, 1991, Beaverton, OR
May 20, 1991, Woburn, MA
May 21, 1991, Montreal, Canada
May 22, 1991, Bloomington, MN
May 23, 1991, Houston, TX
May 24, 1991, Dailas, TX
May 28, 1991, Phoenix, AZ
May 29, 1991, Denver, CO
May 30, 1991, Arlington, Heights, 1L
May 31, 1991, Rochester, NY

information: Analog Devices, DSP Applications Department,

Maria Butler. Tel: (617) 461-3672.

Touchstone/Academy
June 3-7, 1991, Gilching, Germany
Libra/Academy
June 17-21, 1991, Baltimore, MD
June 17-21, 1991, Gilching, Germany
Information: EEsof. Tel: (818) 991-7530. Fax: (818) 991-7109.
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Frequency-Time and Spatial-Time Signal Processing

June 10-14, 1991, United Kingdom
Information: CEI-Europe/Elsevier, Mrs. Tina Persson, Box 910,
S-612 01 Finspong, Sweden. Tel: 46 (0) 122-17570. Fax: 46 (0)
122-14347.

Modern Power Conversion Design Techniques

May 20-21, 1991, San Rafael, CA

July 15-19, 1991, Chicago, IL
Information: e/j Bloom Associates, Joy Bloom. Tel: (415)
492-8443. Fax: (415) 492-1239.

ELINT Interception
May 14-16, 1991, Syracuse, NY
ELINT/EW Applications of Digital Signal Processing
May 14-16, 1991, Syracuse, NY
Integrated EW
May 21-22, 1991, Syracuse, NY
ELINT/EW Data Bases
May 21-23, 1991, Syracuse, NY
Radar Vuinerability to Jamming
June 4-5, 1991, Syracuse, NY
Electromagnetic Propagation
June 4-6, 1991, Syracuse, NY
Information: Research Associates of Syracuse. Tel: (315)
455-7157.

Basic Network Measurements Using the 8510B Network
Analyzer

May 29-31, 1991, Los Angeles, CA

June 11-13, 1991, San Francisco, CA

June 18-20, 1991, Atlanta, GA

June 25-27, 1991, Los Angeles, CA

Designing for EMC

July 11-12, 1991, Atlanta, GA
Information: Hewlett-Packard Company. Tel: (714) 999-6700.

Introduction to Fiber Optic Communications
June 4-7, 1991, San Francisco, CA
Digital Signal Processing: Techniques & Applications
June 4-7, 1991, San Francisco, CA
June 18-21, 1991, Washington, DC
Hands-On Datacomm Troubleshooting
June 4-7, 1991, Washington, DC
June 25-28, 1991, San Francisco, CA
Introduction to Telecommunications
June 11-14, 1991, Los Angeles, CA
June 25-28, 1991, Washington, DC
Information: Learning Tree International. Tel: (800) 421-8166,
(703) 893-3555, (203) 417-8888.

Introduction to EMI/RFI/EMC

May 21-23, 1991, Washington, DC

June 24-25, 28, 1991, Orlando, FL
EMI Control Methodology and Procedures

May 21-24, 1991, Philadelphia, PA
Practical EMI Fixes

June 3-7, 1991, Las Vegas, NV
Grounding and Shielding

June 24, 27, 28, 1991, Orlando, FL
System Integration and Design for EMC

June 24, 25, 28, 1991, Orlando, FL
Information: Interference Control Technologies, Registrar. Tel:
(703) 347-0030.
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RF featured technology

A Channel Sounder For Indoor
Communications Systems

By Fernando Casadevall and Xavier Barba

Department of Signal Theory and Communications

Catalunya Polytechnic University

From the beginning of the 80s the
possibility of giving total mobility to the
increasing number of communications
terminal equipment in large buildings
like factories, hospitals, warehouses,
commercial centers etc., has emerged
strongly due to the important advan-
tages it brings. Even though an infrared
optical system could be considered for
achieving such an objective, it becomes
inoperative when obstructed. For this
reason, radio systems must be consid-
ered.

n radio communication systems, the

multiple reflections of the transmitted
signal from the structure of the building
and surrounding inventory create multi-
path interference. Multipath has histori-
cally been identified as the most impor-
tant factor limiting mobile and portable
radio communication systems. For nar-
row-band systems (where the baseband
digital symbol duration is several times
greater than the extent of multipath-
induced propagation delays, that is, flat
fading conditions), multipath causes
large fluctuations (fading) in the re-
ceived signal voltage due to the chang-
ing phasor sum of the signal compo-
nents arriving at the receiver antenna
via different paths. Temporal variations
of the channel as well as changing
muitipath geometry seen by a mobile
user are the mechanisms for the fading.
Therefore, an accurate characterization
of the operating channel is a mandatory
prerequisite for the development of
reliable indoor radio systems.

Usually we could distinguish between
a large scale model, used in determining
coverage areas and co-channel interfer-
ence levels, and a small scale model
that describes the fading due to tempo-
ral variations of the received signal and
used in determining the bit error rate
and outage probability.

The expression that characterizes the
large scale model is the Path Loss (L)
given by L=Kd" where K is an appropri-
ate constant, d is the distance between
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transmitter and receiver in meters and
n is the mean path loss exponent. For
stationary transmitters and receivers,
the small scale model is usually charac-
terized by a Rician distribution. In this
case the most relevant parameter is the
ratio of the received power of the
specular radio signal to the average
power of the scattered signal.

Measurements reported in Refer-
ences 1 and 2, indicate that n usually
ranges between 2 to 6 and K between 1
to 16 dB depending on the building
structure. So, there is a great value
dispersion and it could be convenient
to characterize the operating channel in
each case.

In this paper we present a simple
channel sounder appropriate for charac-
terizing narrow-band indoor communi-
cations channels. The first part is de-
voted to analyzing the transmitter struc-
ture, the second studies the receiver
system and the last presents some
practical results and conclusions.
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Figure 1. Schematic drawing of
the CW transmitter.

Transmitter

The schematic drawing of the CW
transmitter is shown in Figure 1. We can
distinguish five parts. The synthesizer
produces a sine signal whose carrier
frequency ranges between 800-850
MHz. The frequency doubler.changes
the carrier frequency up to the 1.6-1.7
GHz band. This signal is not synthesized
directly in the 1.6-1.7 GHz area because
the voltage controlled oscillator (VCO)
and counters (Prescalers) are cheaper
and more readily available in the 800
MHz band than in the 1.6 GHz band.
The high pass filter eliminates the
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Figure 2. Schematic diagram of the synthesizer.
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RF featured technology

High Power Bi-Directional Coupler
For Space Applications

By Pascal R. Goux
Ancom Electromagnetics Ltd.

Satellites requiring their transmitted
RF power to be amplified in a linear
fashion, such as M-SAT and INMAR-
SAT, need carefully controlled amplifi-
ers in order to maintain optimum operat-
ing conditions.

his paper describes the RF portion

of the control circuitry associated
with the L-Band High Power Amplifier
designed for such service by Spar
Aerospace of Montreal.

Each amplifier has a 27 dB bi-
directional coupler at its output to allow
measurement of transmitted and re-
flected signal power levels. The result-
ing detector signals are used to limit
output power, hence power consump-

Bi-directional

coupler

Detectors

Attenuators

Figure 1. Block diagram.

AT2

SEZ8

288 -~

O

tion without degrading linearity, and to
protect the amplifier against output
mismatch. In order to obtain sufficient
accuracy, high directivity in the coupler
is essential. A block diagram is shown
in Figure 1.

The design of the coupler is pre-
sented together with a description of the
method by which high directivity is
obtained. Artwork and measured results
are presented including resuits from
high power testing in vacuum. The
objective is to design, build and test a
coupler with the specifications of Table
1.

Choice of Configuration

In order to be compatible with the rest
of the circuitry making up the amplifier,
the coupler must be fabricated using
microstrip techniques on metallized alu-

Operating Frequency 1102 GHz
Low Insertion Loss

(to minimize impact on

amplifier efficiency) <0.15dB
Low Coupling Value

(to minimize insertion

loss) <-25dB
High Directivity

(to differentiate forward

& reflected signals) 225dB
High Isolation

(to achieve high direc-

tivity with low coupling) 250 dB
Return Loss

(to guarantee the direc-

tivity) 225dB
Must sustain high CW >100W
power and be tempera- ~60°C
ture insensitive +120°C
NOTE: Must also be bi-directional, symmetrical and
easy to fabricate (preferably not to require tuning).

Figure 2. Artwork.

40

Table 1. Design specifications.
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RF design awards

A Simple Clock and PSK Carrier
Recovery Circuit

By Francois Methot
RadioSysteme, Inc.

Today, analog designers have to
interface with the digital world by recov-
ering the clock from their modem (elec-
tric or optic) for high speed data trans-
mission.

he interface between analog and

digital is critical, especially when it
must be done at a low cost. | propose a
different approach to obtain PSK de-
modulator and clock recovery with the
same kind of circuit.

The circuit is based on a PLL with a
“D” flip-flop as the phase comparator,
coupled with a VCXO to avoid locking
on undesired frequencies.

The carrier and/or clock is recovered
by using the positive edge of the
incoming PSK signal or data stream to
sample the carrier or clock and create a
DC voltage to control the VCXO. Figure
1 depicts the interconnection between
the *“D” flip-flop and the VCXO.

However, there is a compromise to
be made in using this design. The phase
detector does not have a linear transfer

clock l
)
_
data
integrator vexo
d flip flop

Figure 1. Interconnection between
“D’’ flip-flop and VCXO.

function versus phase error. The gain
of the phase detector (K$) in frequency
is low but K4 for the phase is very high.
Figure 2 shows an example of the
transfer function of this design.

In the absence of data, the output of
the “D” flip-flop can be at a logical *‘0”
or “*1” depending where the data did the
last sampling in the clock, so the VCXO
can be at the maximum or the minimum
frequency. When the PLL begins the
search for the frequency, it requires
many samples to converge on the
correct frequency, but the search for the
phase is very fast.

For a low bit rate, | recommend the
use of a CMOS “D” flip-flop because it
has the same threshold for a logical ““1”
or logical “‘0”. Most of the time a passive
filter will do, when it is connected on the
Q or Q output, depending if it is the
positive edge or negative edge that is
required at the center of the data bit.

For a high bit rate, an ECL “D”
flip-flop must be used because it has
only 1 nsec of propagation delay. How-
ever, an active filter (integrator) must
be implemented to increase the range
on the diode varicap in the VCXO circuit.

This circuit can be implemented to
demodulate a PSK signal with some
compromise. The carrier must be an
exact multiple of the bit rate. Moreover,
the phase transition of the carrier must
be synchronized with the data. These
requirements are cost efficient and eas-
ily implemented on the demodulator.

When feasible or when given the
choice of IF frequency, the carrier to be
modulated must be an exact multiple of

DC Voltage

logical "1"

logical "0"

-20 .10 0 +10 +20

Figure 2. Transfer function from de-
sign in Figure 1.
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CLOCK PLL

CARRIER

-

DATA

Figure 3. A simple PSK modulator.

the data ciock to be transmitted. A
simple PLL can multiply the clock syn-
chronously and form the carrier to be
modulated. Figure 3 shows an example
of a simple PSK modulator. Now the
PSK carrier can be seen as a data
stream of “1”, “0”, “1” ..., with one
extra “0” or one extra ‘“1” at each
transition of the data. Refer to Figure 4
for the timing diagram.

A carrier can be regenerated at twice
the PSK carrier frequency with the same
circuit for the clock recovery and later,
by dividing the carrier by two. A simple
exclusive “or’’ can demodulate the PSK
signal. Because of the use of the divider,
there exists a phase ambiguity of 180
degrees. By using a differential code or
NRZI encoding, the demodulated data
will always be the same polarity.

in Figure 5, one ECL IC is used for
limiting the PSK signal, another IC has
the phase comparator and the fre-
quency divider, and a final IC to de-
modulate the PSK signal and produce
the VCXO. An NRZI to NRZ must be
added after the low pass filter. This
technique, compared to the conven-
tional approach, requires no treatment
on the signal (X?) to rebuild the carrier
information.

The component values of the integra-
tor were calculated using Communica-

O1010101101010500:0101010101010110161010010610101
@

A

o)

Figure 4. Timing diagram (a) the
PSK signal can be seen as a data
stream of 1, 0, 1, ... with one extra
0 or 1 at each transition of the
data, (b) a carrier can be regener-
ated at twice the PSK carrier with
a simple clock recovery and when
it is divided by two, can demodu-
late the PSK signal.
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RF osclllators

VHF and UHF Crystal Oscillators

— Part 1l

By Andrzej B. Przedpelski
A.R.F. Products, Inc.

This note contains some theory, more
circuits, some suggestions and further
considerations of 5th, 7th, and 9th
overtone crystal oscillators (up to 630
MHz) using simple easy to build circuits.

I should have started Part |, July of 1990
(1), with some applicable theory, but |
got carried away by the ease of con-
structing and adjusting these high fre-
quency crystal oscillators and their reli-
able performance. To rectify this
omission let's consider the require-
ments for an oscillator. Barkhausen tells
us that for a circuit to oscillate, two
conditions have to exist.

e the open loop gain (A() x () of Figure
2) has to be more than unity, and

¢ the phase of this gain has to be 360n,
where n is an integer (including 0).

in the circuits described, the gain,
A( ) is supplied by the MMIC amplifier
and the feedback, ( ) consists of the
crystal, in series with a length of trans-
mission line, and the capacitor(s).
Using an ideal non-inverting amplifier
(such as Figure 1a) (1), the feedback can
have 0 degrees phase shift and no
phase shifting network is thus neces-
sary. The crystal can, theoretically, oper-
ate in series resonance (presenting only
a resistance in the feedback path) and
becomes an attenuator in conjunction
with the 50 ohm input impedance of the
MMIC amptifier. If this attenuation is

lower than the gain of the amplifier, the
circuit will oscillate. The oscillations start
slowly (relatively speaking) by ampli-
fying circuit noise at the resonant fre-
guency until the amplifier saturates
(gain of the amplifier becomes equal to
the feedback attenuation).

In the inverting amplifier configuration
(such as Figure 1b) (1), the feedback has
to provide the (theoretically) required
180 degree phase shift to allow oscilla-
tions to take place.

In practice, of course, the non-inverting
amplifier has some phase shift at the
operating frequency, and the inverting
amplifier phase shift is usually some-
what less than 180 degrees. Thus, the
feedback circuit has to compensate for
these small phase shift discrepancies.
The inverting amplifier oscillator con-
figurations are generally preferred, since
they have less tendency to oscillate at
undesired frequencies. Any ‘‘simple”
undesired feedback usually does not
have the required 180 degree phase
shift.

To provide the needed feedback phase
shift, different methods can be used.
The crystal itself can provide some
phase shift. However, it is better to use
it in a series resonance mode to reduce
losses through the crystal. Thus, a
phase shifting network providing aimost
180 degree phase shift has to be used.
At lower frequencies, a pi or tee phase
shifter can be used. However, at the
higher frequencies, accurate inductors

UPC 1651G

10 pF
Y]
L )
So
0.07 UHE . i
L1y
= 210 MHz =
{third overtone’
(a)
GPB-401

™ .
L
350 MHz
¢Fifth overtone) m 54 pF S S0
Eolimd |

(b) N

GPD-401
™~ .
+ faaa 8-35 pF 50
12 inch
19‘25 PF 418 uire I 1
' (c)
14U 7.8 mH
A Y] N
v Ul
0.025 fF
Qi;leck dimensions
Al
2 pF
(d)

Figure 1. Figures from Part I: (a) third overtone circuit, (b) 350 MHz fifth
overtone, (c) overtone oscillator with L/C phase shift, (d) approximate
crystal equivalent circuit at fifth overtone.

RF Design

are difficult to construct, and spurious
reactances cause additional uncon-
trolled phase shifts. To overcome this,
and to provide very simple implementa-
tion of reliable circuits, a transmission
line can be used to provide the main
required feedback phase shift. This
approach is feasible at the higher fre-
quencies and provides easily reproduc-
ible phase shifts. To demonstrate this,
the circuit shown in Figure 3 was built.
While feasible and very simple it was
not considered very practical since the
length of the transmission line was
difficult to optimize. A more feasible
method using variable capacitors to
fine-adjust the feedback phase shift was
used in the more practical circuits. This
method had the additional advantage of
allowing some “‘pulling”’ of the oscillator
frequency.

Now back to some more circuits

Circuit # 1 (350 MHz fifth over-
tone) :

The circuits presented in Part | used
hybrid type RF amplifiers. To reduce
size still more and allow the use of
surface mounted components, mono-
lithic RF amplifiers were then tried. A
typical inverting type was used (Avantek
MSA-0735). Two possible circuit con-
figurations were tried (Figures 4 and 5).
Both gave an output of 6-8 dBm with
either a 3.6 inch or 6 inch length of
transmission line. The capacitors had
to be retuned, of course. The circuit of
Figure 5 seemed to have lower harmonic
content (35-40 dB below fundamental
for second and third harmonics). While
monolithic amplifiers usually have the
disadvantage of requiring input and
output capacitors, one capacitor can be
omitted, since the crystal provides DC
isolation. These amplifiers also require
a biasing resistor. In the case of the
circuits shown, this was actually taken
advantage of to provide a circuit which
worked reliably directly from an airborne
power source of 22-30 VDC. This was
accomplished by the use of the high
value (1000 ohm) biasing resistor.
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Design of Quadrature Detectors

by Edward A. Richley
Xerox Palo Alto Research Center

The quadrature detector is a very common circuit used for the
demodulation of both wide band and narrowband FM.
However, there is a general misconception about its method
of operation, and little information on its proper design. After
careful analysis, it can be seen that the engineering trade-offs
involved in the design of a quadrature network are easy to
understand and very interesting. This article will describe such
an analysis, and will show the important considerations for
proper design.

he basic single-tuned quadrature detector network is shown

in Figure 1. This network is typically used with FM receiver
ICs such as the Motorola MC3357 (and related parts), Signetics
NE®B04, or the RCA CA3189. The network has one input and
one output. The input generally comes from the output of a
limiting IF strip. This input, V,,, and the output of the network,
Vot @re connected to the inputs of an analog muitiplier.

The basic purpose of the quadrature network is to produce
two signals which have a nominal phase difference of 90
degrees (hence the term ‘‘quadrature detector”), but with a
variation in phase which depends on instantaneous frequency.
The multiplier then serves as a phase detector, and can detect
the lead or lag in phase caused by the interaction of the
frequency modulated signal with the network.

In some versions of the circuit, the coupling capacitor, C,
of Figure 1, is replaced by an inductor. The operation of the
circuit is conceptually the same in both cases. Many texts give
an explanation for the operation of this circuit which is based
on the following assumption (1,2):

X, (@) >> R, (1)

where X, is the magnitude of the reactance of the coupling
component, either a capacitor or an inductor, and w, is the
center frequency of the frequency modulated signal. w, is also
the resonant frequency of the network formed by L, and C,.
With the assumption of equation 1, the nominal 90 degree
phase shift is provided by the reactance of X, in series with a
much smaller resistance, R,. The subsequent phase lag or
lead about the nominal will result from changes in the received
signal frequency which cause the reactance of the R-L-C circuit
to swing inductive or capacitive.

A quick look at some application notes, however, shows
that the condition of equation 1 is often not met in practice. In
fact, it is often strongiy violated (3,4). Thus, the question arises
as to how the nominal 90 degree phase shift is provided, and
how the phase shift varies with frequency. In order to address
this point of confusion, the network of Figure 1 must be
examined more closely.

it is instructive to look at the network of Figure 1 in an
alternate form. The dashed portion of Figure 2 can be
transformed into a Norton equivalent, as shown in Figure 3.
The resultant parallel capacitors combine as a single element
of value (C, + C)). From Figure 3, it is evident that the nominal
90 degree phase shift can be guaranteed at the frequency w,
by simply making the combination of L, and C, + C, resonant
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at w,. Thus, the condition of equation 1 is not necessary. The
size of C, relative to C_does not affect the phase characteris-
tics of the circuit at all, since the two capacitors are effectively
in parallel. Their relative sizes only affect the amplitude of the
output, and, as shall be seen later, the input impedance of the
network. Thus, the condition of equation 1 is not necessary at
all.

The Transfer Function

The circuit of Figure 1 has a transfer function, H(jw), defined
as the ratio of the output voltage to the input voltage, when
both are expressed in phasor notation:

Vourli®)
Vin(w)
From the equivalent circuit of Figure 3, it is easy to show that

H(jw) is determined by the impedance of the R-L-C circuit, and
is given by:

H(jw) = ()

(3)
w201LLRL
R(1 — w?L(C, + C)) + jol

H(w) = ~

There are four main concerns regarding the design of the
quadrature network. These are as follows:
1. [H(jwy)| shouid be as large as possible.
2. The variation in [H(jw) | over the desired range of frequency
deviation should be as low as possible.
3. The phase variation in H(jw) over the desired range of
frequency deviation should be as linear as possible.
4. The input impedance of the network must be sufficient so as
to not load the driving circuit.

In order to simplify the investigation of each of these
requirements, it is useful to define some quantities. The first
of these is the loaded Q of the network:

a=_" @)

wyl

in this analysis, any load resistance due to the phase detector
input is lumped into the resistance R,.

\
/
C -
1 To Multiplier
| \
Vi I Vout
v

Figure 1. Basic single tuned quadrature detector
network.
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Another useful quantity is the center frequency, w, As
described earlier, component values are chosen for resonance
at w,, so that:

_ 1
“7 e, e ®

Finally, the frequency, w, can be normalized to w, by defining
a new quantity, y, as follows:

V= ®)

In terms of these quantities, the transfer function is given by:
C, y2Q

Hljw) = - C,+C_(1-PQ+j

@)

From equation 7 it follows that the magnitude of the transfer
function at the center frequency ( y = 1) is given by:

c,a
. ca o
Mieol = 5 ®)

From equation 8 it is clear that for greatest magnitude of H(jw,),
both Q and C, should be as large as possible. However, once
C, is made comparable to C,_ there is not much to be gained
from increasing it further.

It is also useful to define the normalized frequency, vy, in
terms of the deviation, &:

y=1+¢ 9
In terms of £, the transfer function is :

c, a+
¢ +C AT ot t o 10

Hjw) = -

The Amplitude Response

In order to examine the fiatness of the amplitude response
with frequency, it is helpful to look at the magnitude squared
of the transfer function:

A I L 1+
[H(jw)? = <C1 + CL 0252(2 i 5)2 +(+ 5)2

)

This expression can be expanded in terms of £ about the center
frequency, £ =0:

H(jw)? = (’c‘%:’)z Q21 + 26 +(1 - 4Q982+ ) (12)
1 L

A &

i

;

| - 3y
'y 1. “Vout
| i
L VN SO PN
} L Tt L
‘ | )
|
! 1 v
e e _

Figure 2. The quadrature network redrawn.
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From equation 12 it is clear that in order to prevent AM

distortion from becoming induced on the detector, it is
necessary that:

1
18] << 3 (13)
and that:
4Q2E2 << 1 (14)

in general, |y| is quite small (0.01 is typical) so that both of these
requirements will be met for modest values of Q.

The Phase Response

The phase response can be examined in a similar manner.
Equation 10 leads to the following expression for ¢, the phase
of the transfer function, H(jw):

(1+39 )
= arctan \ 5T~ 15
? <£<2 v o 19)
Since the nominal value of ¢ is known to be 90 degrees (n/2),
it is most useful to look at the deviation in ¢ about this mean.
This deviation, 8, is given by:

0=4¢ ~ g = ~— arctan (—-—-5(2 * é)Q> (16)

(1+9

The linearity of the phase response of the network can be
evaluated by looking at the quantity 26/3& From equation 16,
it follows that:

_Q_e_z__Q 2+ 28+ ¢ (a7
o 1+ 28 + (4Q2 + 1)£2 +4Q 28° + Q% )
This expression can be expanded in terms of £ to give:

a0

SE - QU —E+ 5 S (3- 809 + ... (18)

in order to maintain a linear phase response, it is important for
the constant term in equation 18 to be the dominant term.
Thus, the requirement for phase linearity can be expressed
as follows:

] << 1 (19)
and
4QP|E12 << 1 (20)

These requirements can be seen to be almost identical to the
requirements of equations 13 and 14.

/Vout
jo S4ViN ]
Avd

Figure 3. Norton equivalent of the quadrature net-
work.
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The Input Impedance

The remaining requirement has to do with the input
impedance of the network. The magnitude of the impedance
of the network of Figure 1, at the center frequency, w,, as seen
by V. is:

2
\/ o <S_CL>
[Zalw)l = woly ! .

C, 2

14+ Q2 [

Q <01 + CL>

For even modest values of Q, and for values of C, which

approach C, (which is encouraged from equation 8), |Zp{wo)l
approaches the following form:

(1)

w, L
Zfewp)] = S 22

Clearly, a large enough value of Q and a small enough value
of L could lead to an input impedance which is too low to be
driven from the IF output. This consideration places a limit on
the size of Q or the size of C, relative to C, .

Design Procedure

Consideration of all of these constraints leads to a
reasonable approach to the design of these single tuned
quadrature networks. As with most engineering problems,
there are trade-offs to be made. In general, the following
procedure should suffice:

1. Choose frequency deviation or center frequency such that
& << 1/2.

2. Choose Q as large as possible, without violating the
requirement: 4Q? |£]2 << 1.

3. Choose the largest value for L, which can be obtained within
the limits of physical size, self-resonance, and the effects of its
unloaded quality factor on Q.

4. If (w,L /Q) is an acceptable value for input impedance,
choose a value for C, which about is half the capacitance
needed for resonance with L at w,. Let C, be the remaining
capacitance needed for resonance.

5. If {wyL,/Q) is not acceptable, choose a value for C, which
provides an acceptable value for |Z, (w,)|, from equation 21.
Choose a value for C,_ which completes the requirement for
resonance with L, at w, {equation 5).

This procedure should work well for most designs. It will
provide the largest possible output level without sacrificing
other parameters. Equations 8, 9, 12, 18, and 21 provide some
quantitative insight into the behavior of signal tuned quadra-
ture detectors. Although this analysis has been carried out for

\
/
Ly To Multiplier
YY"\ \
v % 7Vour
IN
M
o 3 1
P2 Cﬁ:L LTC 3 Rg

capacitive coupling, it must be emphasized that a similar
exercise could be performed for a circuit using an inductor in
place of C,.

The Double Tuned Quadrature Detector

There is a higher performance version of the quadrature
network which is often described in application notes (4,5).
This is the double-tuned network which is shown in Figure 4.
Much better linearity is claimed for this network.

This network uses a weakly coupled transformer having a
tuned primary and a tuned secondary. In most implementa-
tions, both windings are identical. In Figure 4, both windings
are shown to have an inductance, L. The amount of mutual
inductance, M, is always a fraction of L. Thus:

M = kL, k<1 (23)
where k is known as the coupling coefficient.

Instructions in various application notes indicate that the
coupling coefficient, k, should be at least 70 percent of critical
coupling, k_, where k., is defined in terms of the primary Q,
Q,, and the secondary Q, Q_, as follows:

= 24)

kCl’

V Q.Q,
Instructions also indicate that the primary is to be tuned for
maximum signal, while the secondary is to be tuned for
maximum linearity.

An analysis of the double tuned network will now be
presented. This analysis will focus on the phase response of
the network, as that is the important advantage of a double
tuned network when compared with the single tuned network.
An analysis of the amplitude response and the input imped-
ance can be derived easily from this phase response analysis,
and so will not be presented.

Some Approximations

The double tuned network is significantly more complicated
and difficult to analyze than the single tuned network.
Consequently, some assumptions and approximations will be
used. These approximations are extremely plausible and serve
to greatly enhance the understanding of the analysis. In fact,
the analysis of the single tuned network would be greatly
simplified by these approximations and would yield exactly the
same result as equation 20.

The first assumption is simply that the maximum frequency
deviation is very small. Thus, it is assumed that:

€] << (25)
In comparison with terms of order 1, £ can be ignored. Of

course, one must be very careful to not ignore ¢ when
subtraction of large numbers will result in a term of the order £

> i
Vout o koL
7YY\
fo L4V, s I I S
N ? F*PE:C L1 +k) L(1+k) ¢ 3 Rg

Figure 4. The double tuned quadrature network.
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Figure 5. Equivalent of the double tuned quadrature
network.
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Figure 6. Approximation of the double tuned quadra-
ture network.

Furthermore, it is assumed that the Q of both primary and
secondary are large:

Q, >> 1, Q, >> 1 (26)
From these assumptions, and the definition of k_, it is clear
that:

k << 1 (27)

Equivalent Circuit

An equivalent circuit can be made for the double tuned
network of Figure 4. This is shown in Figure 5. This equivalent
will yield exactly the same output as the original circuit. The
transfer function is determined once again by the input
impedance of this network.

Only an analysis of the phase response of the double tuned
network will be given here. Clearly the variation in the phase
of the transfer function, about the 90 degree point, is given by
the phase of the input impedance of the network. Just as with
the single tuned network, the coupling element provides the
initial 90 degrees of phase shift while the tuned network pro-
vides the deviation. Thus, the phase of interest is simply the
phase of the input impedance.

Figure 6 shows this input impedance as Z, with the
impedance of all elements normalized to w L. Simplification is
provided by the use of equation 27. This simplified approximate
network clearly consists of two networks in parallel. Figure 7
shows these two networks distinctly. Clearly, the admittance
of the combined network Y, is simply the sum of the two
admittances, Y, and Y,. The admittance, Y, is just as useful
for determining the phase response of the network as the
impedance, Z, because Y and Z are reciprocais of each other.
Thus, the variation component of phase response is simply the
negative of the phase of Y.

Using equation 25, it is easy to show that, to a very good
approximation sufficiently close to the center frequency, the
admittance, Y,, is given by:

1 .
Y, = —+2 28
YT g, j (28)
Similarly, the admittance, Y,, can be well approximated by:
1+ 2jQ2
=K 29
Y2 st(k—22)+1 (29)

These forms for the admittances, Y, and Y, assume that the
tuned circuits of Figure 7 are tuned for resonance at £ = 0.
This is not necessarily the case. In fact, some degree of
mistuning will yield the desired results. This mistuning can be
represented by replacing £ with (¢ — £,) in equation 28 and (¢
- &,) in equation 29. Thus, the total admittance, Y, is given by:

s — 1+21Q( - &) (30)
+ 2§~ ¢ Kk s 2z
Q, )+ Qk =~ 2( - &) +]

This detuning accounts for several effects. Slight differences
in winding inductance, the loading effects of the coupling
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Im(Y)

Figure 7. Simplified double tuned quadrature net-
work.

element, L,, and the approximation made by replacing L(1 +
k) if Figure 5 with L in Figure 6 are a few of these effects. In
general, the quantities £, and £, allow two more degrees of
freedom for optimizing the transfer function.

The Phase Response

The trouble with the single tuned network is that once it has
been tuned for nominal 90 degree phase shift, the transfer
function is completely determined. Basically, the phase shift
in a single tuned network is determined to be arctan(2Qg¥).
There is no such limitation in the double tuned network. If the
argument of the arctan( ) function could be made to more
closely resemble the tan( ) function, a more linear phase
relationship would be possible. This is exactly what the double
tuned circuit allows. In order to see this more clearly, it is
important to look at the Taylor expansion of the function
tan(ax):

a’x®  2a%°®

tan(ax) = ax + 3 + 15
where a is some constant. For the purpose of this analysis, it
is clearly desirable to have:

4o (31)

Re(Y) tan(aé) (32)
In practice, the best that can be obtained is an approximation
to equation 32 for some range of £. If this relation can be
approximated, the arctan function performed by the phase
detector would more closely reflect a linear relation with input
frequency. Several requirements on Y are immediately clear:

Im(Y) must vanish as & goes to zero. The ratio Im(Y)/Re(Y)
must have no even order terms. The coefficients of (a§) should
match those in the expansion of equation 31 through as many
terms as possible.

The first two of the above requirements can be met by proper
choice of £, and &,. Although not easy to derive, it is easy to
verify that the choice of &, = £, = —k/2 satisfies both. Inserting
this condition into equation 30 leads to:

4Q? (33)
Im(Y 1 — k2Q? s
A (L T A
Re(Y) P\ (1+KQQ) s
4Qz

a4+ —s
1+KkQ.Q,

&%)

This expression clearly has no terms in even powers of &. It
also goes to zero as £ —~ 0. The polynomial quotient can be
expanded to give the complete power series:

(1 - kK2Q@) (34)
P (1+KQQ,)

k’QQ, + Q)
2 s\ s p: 2
{1 + 4Q2 1+ KkQQ, - Q) ~ k'Q3Q, £ :I

The coefficient of the third order term in the Taylor expansion
of tan(ax) can be matched by making:

Im(Y)

Re(v) ~ 2€
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RF transmission lines

CAD of Single and Tandem

Lange Couplers

Timothy O’Connell and Patrick Murphy
University College Cork, Ireland

In recent times the 90 degree hybrid has become one of the
most important passive elements to be used in microwave
integrated circuits (MICs), because of its important function in
balanced mixers, balanced amplifiers, and other circuits.
Although there are many types of hybrids available that provide
equal power division with 90 degree phase shift, the Lange
coupler has been the most widely used because of its superior
broadband performance. This article describes a CAD program
which calculates the design parameters of Lange couplers.
Since the main disadvantage of Lange couplers is their
difficulty in fabrication due to the very small dimensions of the
interdigitated fingers, the concept of combining couplers in
tandem is presented, and this option is incorporated into the
CAD program.

Since its introduction by Julius Lange in 1966 the Lange
coupler (1) has been the most widely used 90 degree hybrid
at microwave frequencies because of its very wideband —3
dB coupling over octave bandwidths. The structure of the
device, shown in Figure 1 is relatively simple, with alternate
interdigitated fingers coupled together using bond wires. For
this structure:

S is the spacing between interdigitated fingers.
W is the width of the interdigitated fingers.

L is the width of the coupler; 1/4 wavelength at the center
frequency.

h is the substrate thickness of the microstrip.

To date, the accepted design approaches are those reported
by Presser (2) and Osmani (3), which are similar in nature and
are suitable for CAD implementation. Their design approach
may be summarized as follows:

The interdigitated directional coupler may be viewed as a
multiconductor transmission line of K (K even) elements, not
including the ground plane. However, coupling between
non-adjacent sections may be neglected with little error. Using

this simplification, Ou (4) derived the following set of equations
for the even and odd mode impedances for such an array of
paralle! coupled lines.

L (1=c\*  K-ni+a
ZOO'ZO<1+C> C+aq) +(K-11-0) , M

zZ =27 ____C__.f_q___.
oce = “oo (K—1)(1—C) 2

where,

K = even number of strips

Z, = terminating impedance (usually 50 ohms)
C = voltage coupling coefficient

q=[C?+ (1 - COK— 7T"

Next, the shape ratios are calculated from the synthesis
equations of Akhtarzadm et al (5):

cosh( %(W/h)se>+ cosh( %(W/h);()) -2

cosh ( 12-’-(W/h);0> - cosh(%(W/h)se>

2 _
Sth =+ cosh™

©)

Wh =1 cosh“‘[i;;l cosh ((W/h) L > + Q_i] -3 @

se o 2
where,
(Wrh),, = 0.78(W/h) + 0.1(W/h),, (5)
and (W/h) . are given by Wheeler’s equations for wide and

narrow microstrip lines:

l Isclated

i
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Coupler 1

B c

O [o o )
Coupler 2
—O O— —-0

BI cl

l Direct

Figure 1. Diagram of a Lange
coupler.
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Figure 2. Couplers connected in tandem.
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8 p(7 + 4lk) 117"
= — + 6
(W/h)se'so D[ 11.0 0.81 ©)
where,<Z >
me,[——gy —
p =[e 848 - 1] Y

Tandem Lange Couplers

Although the design of Lange couplers is relatively straight-
forward using the above equations, their main disadvantage
lies in the fact that the dimensions of the finger width (W) and
spacing (S) are often so small that fabrication of the circuit is
difficult. Typical dimensions for Lange couplers are of the order
of 10 um, and this can pose difficulties unless the fabrication
process has very good tolerances. A novel solution is to
combine two Lange couplers in tandem, so that the overall
coupling coefficient is higher than the individual coupling
coefficients. Therefore, since the dimensions are inversely
related to the value of the coupling coefficients, the etching
constraints are greatly reduced.

Consider two couplers connected in tandem as shown in
Figure 2. Assuming the signal level at input Ais 1, and is 0 and
A’, and that the coupling coefficient of each section is k, the
signal level at the other ports are:

B =k (8)
B '=jN\N1-k2 (9)
C=k-(1-k?3 (10)

c=jok \1 - ke 1)

Here we can see that the 90 degree phase shift between C and
C' is still preserved. Now for ~3 dB power division, signals at
C and C" must be equal. Therefore,

K2~ (1 -k?) =2k \J1 - k2 (12)
Defining I = k? yields:
812-8/+1=0 (13)

By solving this equation and discarding one of the solutions,
we get k = -8.34 dB. Thus, to achieve an overall coupling
factor of —3 dB, each of the two couplers connected in tandem

NVZ N

Ly o

o, ad

| Y
[ O

/" \ A

Figure 3. Tandem Lange coupler arrangement.
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must have a coupling factor of —8.34 dB.

Therefore, two Lange couplers with coupling factors of —8.34
dB can be combined to make a —3 dB coupler with the same
overall characteristics as a single coupler. The more loosely
coupled individual sections will relax the etching constraints
by increasing the dimensions of the coupled fingers. Figure 3
shows two Lange couplers connected in tandem.

The CAD Program

A FORTRAN CAD program has been written which enables
the user to design Lange couplers using the equations above.
Single or tandem configurations can be selected, depending
on the dimensions obtained and the quality of the etching
process available. Figure 4 shows the simulated Touchstone®
response of the single and tandem couplers. While the
response of the single coupler is marginally better, in some
applications this slight deviation is much less than the
discrepancy in results (with a single coupler) due to the etching
tolerances of the process available.

Finally, the CAD program gives the user the option of
producing an output file directly in the format of a Touchstone
input file. This allows great flexibility in incorporating the L.ange
coupler into a larger circuit, or allows the mask of the circuit
to be generated directly from software such as MICAD® or
GAS-STATION® .

The operation of the program TLANGE is described by the
flowchart in Figure 5. First, the design parameters are entered;
substrate dielectric constant, substrate thickness, center
frequency, and overall coupling coefficient. If a tandem
arrangement is selected, the program then calculates the
coupling coefficient of each section. Next, the dimensions of
the Lange coupler are calculated using the Osmani/Presser
method, and finally, the results are produced either directly to
the screen, or in the format of a Touchstone input file. Figure
6 shows a typical output of the TLANGE program. Here a six
finger tandem Lange coupler with a center frequency of 4 GHz
has been designed on 5880 RT-Duroid® (0.79 mm substrate
thickness).

The program is available from the RF Desigr Software
Service, including a compiled version and source code listing.

See page 30 for more information. RF
EEsof — Touchstone — 09/07/90 — 10: 48: 46 — TEDPPR2
G DB (S21) + DB (S41) ¥ DB (S21) X DB (S41)
TANDEM TANDEM SINGLE SINGLE
0.0000
Ny A L
—3.000
%h.—_—x—%
% — k
'Y Q
—6.000
2.000 4.000 FREQ-GHZ 6.000

Figure 4. Simulated results of a single and tandem
Lange coupler.
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